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ABSTRACT OF THE DISSERTATION

Signal Processing for RF Distortion
Compensation in Wireless Communication
Systems

by

Qiyue Zou
Doctor of Philosophy in Electrical Engineering
University of California, Los Angeles, 2008
Professor Ali H. Sayed, Chair

This dissertation addresses some challenging problems emerging from practical
implementations of high-speed physical-layer communication schemes. The chal-
lenges are caused by the underlying physical-layer analog/RF (radio frequency)
processing, which inevitably introduces distortions into the baseband demodula-
tion stage. Such distortions arise, for example, in Orthogonal Frequency Division
Multiplexing (OFDM) modulation, which has been adopted by several wireless
standards. OFDM systems are known to be sensitive to the IQ imbalance and
phase noise distortions introduced in the signal down-conversion process. These
distortions seriously limit the applicable constellation size and reduce the attain-
able transmission data rate. Traditionally, the problem has been alleviated by
increasing the transmission power of the carrier signal. In this dissertation, an
alternative approach is pursued by exploiting signal processing techniques in the

digital domain.

Chapter 2 develops a two-stage scheme to compensate for phase noise dis-

tortion in wireless OFDM systems. In the first stage, block-type pilot symbols

xix



are transmitted and the channel coefficients are jointly estimated with the phase
noise. In the second stage, comb-type OFDM symbols are transmitted such that
the receiver can jointly estimate the data symbols and the phase noise. The joint
effects of IQQ imbalance and phase noise on OFDM systems are analyzed in Chap-
ter 3, where compensation schemes are proposed and their performance is studied.
In Chapter 4, the nonlinear effects caused by the front-end analog processing are
investigated in the context of wideband software-defined radio systems. In the
presence of strong blocker (interference) signals, such nonlinearities introduce se-
vere cross modulation over the desired signal. The proposed digital solution scans
the wide spectrum and locates the desired signal and blocker signals. After down-
converting these signals separately to the baseband, they are jointly processed to

mitigate the cross-modulation interferences.

It is shown that the proposed schemes can effectively mitigate these impair-
ments, consequently, simplifying the RF and analog circuitry design in terms
of implementation cost and power consumption. The proposed approach demon-
strates how mixed-signal, i.e., joint analog and digital, processing techniques play

a critical role in emerging radio technologies.



CHAPTER 1

Introduction

The demand for high-speed data communications through wireless links has expe-
rienced a rapid growth in recent years. Intensive efforts are being pursued to meet
the increasing need for high data rates. New technologies continuously emerge
to change the way we are sending and receiving information bits. Some repre-
sentative examples of these new technologies are the multi-input multi-output
(MIMO) transmission and reception schemes, ultra-wide band (UWB) commu-
nications, opportunistic and cooperative communications, and cognitive radio

networks.

This dissertation addresses some challenging problems emerging from practi-
cal implementations of these high-speed physical-layer communication schemes.
The challenges are caused by the underlying physical-layer analog/RF (radio fre-
quency) processing, which inevitably introduces distortions into the baseband
demodulation stage. Such distortions arise, for example, in Orthogonal Fre-
quency Division Multiplexing (OFDM) modulation, which has been adopted by
several wireless standards, including the IEEE 802.11a wireless local area net-
work (WLAN) in the 5 GHz band, the IEEE 802.11g WLAN in the 2.4 GHz
band, and the European digital video broadcasting system (DVB-T). Despite its
popularity, OFDM systems are known to be sensitive to the IQ imbalance and
phase noise distortions introduced in the signal down-conversion process. These

distortions limit the applicable constellation size and reduce the attainable trans-



mission data rate. Traditionally, this problem has been alleviated by increasing
the transmission power level of the carrier signal. In this dissertation, an alterna-
tive approach is pursued by exploiting signal processing techniques in the digital
domain. Three common impairments in RF front-end are studied, namely, phase
noise, IQ imbalance and nonlinearities. The next two sections give a brief intro-
duction to the basic building blocks of an RF receiver and the mechanisms of

these distortions.

1.1 RF Transmitter and Receiver

The block diagram of a generic RF transmitter is displayed in Fig. 1.1(a). The
information bits are first mapped to proper channel codewords, which enable
the receiver to correct certain transmission errors. The resulting bit sequence is
mapped into constellation symbols, and the sequence of symbols is converted into
a continuous-time baseband signal. The baseband signal is then upconverted to
the passband by being mixed with the oscillator signal. Finally, the passband

signal is amplified by the power amplifier and transmitted by the antenna.

At the receiver shown in Fig. 1.1(b), the RF signal acquired by the antenna
is first processed by the band-selection surface acoustic wave (SAW) filter, whose
purpose is to suppress interferences and noise outside the band of interest. After
being amplified by the low-noise amplifier (LNA), the signal is down-converted
to the baseband by the mixer. The analog-to-digital converter (ADC) samples
the baseband signal. The transmitted information bits are eventually recovered

by the baseband demodulation and decoding blocks.
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Figure 1.1: Block diagram of an RF transmitter and receiver.



1.2 RF Distortions

According to the pre-defined functionality of each building block in the trans-
mitter and receiver, RF circuit engineers implement the design to ensure that
the system operates as desired. However, analog impairments often arise from
unpredictable fabrication variations. Without cautious control over these im-
" pairments, the system performance deteriorates or even fails. This dissertation
studies three common RF impairments that are considered critical limiting fac-
tors in real systems. The three impairments are phase noise, I() imbalance, and

nonlinearities.

1.2.1 Phase Noise

Oscillators used for signal down-conversion are susceptible to noise. Noise injected
into an oscillator causes random deviation from its nominal frequency. Phase
noise is the phase difference between the phase of the carrier signal and the phase
of the local oscillator. There are mainly two types of oscillators used in practice,
depending on whether or not they are used in a phase-locked loop (PLL). The
so-called free-running oscillators operate without a PLL, and the generated phase
noise is modeled as the accumulation of random frequency deviations and, hence,
has unbounded variance. On the other hand, in a PLL oscillator, the closed-
loop control mechanism tracks the phase variations of the carrier signal, and

consequently, the generated phase noise has finite variance.

In a free-running oscillator, the frequency deviation €(t) can be modeled as
a zero-mean white Gaussian random process with single-sided power spectral
density (PSD), say,
Nomt



where £ is called the oscillator linewidth. The phase noise ¢(t) generated by the

oscillator is given by integrating €(t), i.e.,

t
b(t) = 27 / e\,
0
which turns out to be a Wiener process. The single-sided PSD of ¢(t) is

S(f) = %

The spectrum of the phase noise centers around the carrier frequency and exhibits

“narrowband” and “low-frequency” characteristics.

1.2.2 IQ Imbalances

IQ imbalance is critical to direct-conversion receivers that use the I and Q-branch
mixing. This requires shifting the oscillator output by 90°. In an ideal receiver,
the sinusoidal signals used for I and Q-branch mixing have the same amplitude
and are orthogonal to each other. Also, their phase is perfectly aligned with the
carrier signal. However, the actual oscillator signals in the I and Q branches
can be slightly different from the ideal oscillator signals due to imperfectness in
the mixer and 90° phase shifter. The errors in the phase shifter and imbalances
between the amplitudes of the I and Q-branch signals corrupt the received signal
constellation. The effects of I(Q imbalance can be characterized by two parameters
a and 0 that usually vary slowly with respect to the symbol rate. As illustrated in
Fig. 1.2, the phase difference between the I and Q-branch signals is 90° — @, while
the amplitude of the I and Q-branch signals are 1 + a and 1 — «, respectively.

1.2.3 Nonlinearities

Ideally, the input-output relation of the amplifiers at the transmitter and receiver

is expected to be linear. However, this holds only when the signal amplitude is



1+

Ideal Case Nonideal Case

Figure 1.2: 1Q Imbalance.

small. Since the dynamic range of input signals can be quite large in wireless
communications, the linear relationship is usually invalid. This can cause signif-
icant distortion to the received signals. The nonlinearity can be modeled by a

third-order polynomial:
y(t) = na(t) + Rl + @),

where x(t) and y(t) are the input and output signals, and 71, 72, s are constants.
In the expression, ~;x(t) represents the linear component in the output, while
y2[z(t)]? and ~3[z(¢)]? are the second and third-order nonlinear components in the
output. One effect of the nonlinearity is the cross modulation that occurs when
the desired signal is simultaneously acquired with a much stronger interference
signal of different center frequency. The resulting distortion can seriously hurt

the quality of the desired signal.

1.3 Organization of this Dissertation

Chapter 2 develops a two-stage scheme to compensate for phase noise distortions
in wireless OFDM systems. In the first stage, block-type pilot symbols are trans-
mitted and the channel coefficients are jointly estimated with the phase noise in

the time domain. In the second stage, comb-type OFDM symbols are transmitted



such that the receiver can jointly estimate the data symbols and the phase noise.
It is shown both by theory and computer simulations that the proposed scheme
can effectively mitigate the inter-carrier interference caused by phase noise and
improve the bit error rate of OFDM systems. Another benefit of the proposed
scheme is that the sensitivity of OFDM receivers to phase noise can be signifi-
cantly lowered, which helps simplify the oscillator and circuitry design in terms

of implementation cost and power consumption.

In Chapter 3, the joint effects of IQ imbalance and phase noise on OFDM sys-
tems are analyzed, and a compensation scheme is proposed to improve the system
performance in the presence of IQQ imbalance and phase noise. The scheme con-
sists of a joint estimation of channel and impairment parameters and a joint data
symbol estimation algorithm. In the proposed channel estimation algorithm, the
channel coefficients are jointly estimated with the IQQ imbalance parameters and
the phase noise components. The joint estimation obtains a more accurate chan-
nel estimate than the conventional methods that either ignore the impairments
or simply treat them as additive Gaussian noise. Its performance is also demon-
strated to be close to the associated Cramer-Rao lower bound. In the proposed
data symbol estimation algorithm, the joint compensation is decomposed into IQ

imbalance compensation and phase noise compensation.

Chapter 4 studies the nonlinear effects caused by the wideband front-end
analog processing in a software-defined radio (SDR) system. In the presence
of strong blocker (interference) signals, such nonlinearities introduce severe cross
modulation over the desired signals. We investigate how the nonlinear distortions
can be compensated for by using digital signal processing techniques. In the
proposed solution, the SDR scans the wide spectrum and locates the desired

signal and strong blocker signals. After down-converting these signals separately



to the baseband, the baseband processor processes them jointly to mitigate the
cross-modulation interferences. The proposed approach demonstrates how mixed-
signal, i.e., joint analog and digital, processing techniques play a critical role in

the emerging SDR and cognitive radio technologies.

At the end of this dissertation, Chapter 5 proposes some new ideas for future
research. It is recommended to compare the digital approach with the analog
approach in terms of cost and performance. This can provide system designers
with more options for RF distortion compensation. Moreover, by using joint
analog and digital design strategies, some analog challenges can be passed to
digital designers who might have an elegant digital solution. The latest radio
technologies rely more and more on complicated signal processing algorithms.
The rapid advances in signal processing and digital IC technologies create many

opportunities for the next generation of wireless communications.



CHAPTER 2

Phase Noise Compensation in OFDM Wireless

Systems

2.1 Introduction

Orthogonal Frequency Division Multiplexing (OFDM) is a widely recognized
modulation technique for high data rate communications over wireless links
[BSE04, SLO5]. Because of its capability to capture multipath energy and elim-
inate inter-symbol interference, OFDM has been chosen as the transmission
method for several standards, including the IEEE 802.11a wireless local area
network (WLAN) standard in the 5 GHz band, the IEEE 802.11g WLAN stan-
dard in the 2.4 GHz band, and the European digital video broadcasting system
(DVB-T). Also, the OFDM-based physical layer is being considered by several
standardization groups, such as the IEEE 802.15.3 wireless personal area net-
work (WPAN) and the IEEE 802.20 mobile broadband wireless access (MBWA)
groups. The heightened interest in OFDM has resulted in tremendous research

activities in this field to make the real systems more reliable and less costly.

One limitation of OFDM systems is that they are highly sensitive to the
phase noise introduced by local oscillators. Phase noise is the phase difference
between the phase of the carrier signal and the phase of the local oscillator,

and its effect on OFDM receivers has been investigated in many previous works,



such as [Mus95, PBM95, Tom98, PM02]. The distortion caused by phase noise
is characterized by a common phase error (CPE) term and an inter-carrier in-
terference (ICI) term. The CPE term represents the common rotation of all
constellation points in the complex plane, while the ICI term behaves like ad-
ditive Gaussian noise, as illustrated in Fig. 2.1. Compared to the single-carrier
modulation methods that can track the fast variation in phase noise adaptively
in a decision-directed manner, e.g., [THS06], OFDM transmits data symbols over
many low-rate subcarriers, which makes it more difficult to track and compensate

for phase noise.
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Figure 2.1: Scatter plot of 16-QAM received symbols in the absence/presence of

phase noise.

2.1.1 Prior Work

The high sensitivity of OFDM receivers to phase noise imposes a stringent con-

straint on the design and fabrication of oscillators and the supplementary cir-
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cuitry, such that the generated phase noise level will not cause the system to
fail [LHO00, KL05, ACP05]. This requirement increases the implementation cost
of OFDM receivers because impairments associated with fabrication variations
are usually either unpredictable or uncontrollable. There have been works in
the literature to mitigate the effects of phase noise in the digital domain. This
approach provides an efficient, low-cost and reliable solution to the phase noise
problem. Some authors have proposed methods to compensate for the CPE term,
in which the constellation rotation is estimated by using pilot tones embedded
in OFDM symbols and then corrected by the demodulator [RK95]. Since the
ICI effect is either ignored or treated as additive noise in these schemes, they
perform poorly if the phase noise varies fast in comparison to the OFDM sym-
bol rate. To overcome this difficulty, some ICI compensation schemes have been
proposed. The method in [EWHO1] utilizes the pilot tones, which are sufficiently
separated away from the data tones, to transmit pilot symbols for phase noise
estimation. In the self-cancellation method presented in [ZHO1] and [RLPO05],
each data symbol is transmitted using two adjacent subcarriers, and the received
symbols are linearly combined to suppress ICI by exploiting the fact that the ICI
coeflicients change slowly over adjacent subcarriers. This technique has the ad-
vantage of low implementation complexity, but it reduces the spectral efficiency
by one half. In [GNE03], an FIR-type equalizer is employed to compensate for
phase noise, and the filter coefficients are determined by the method of least
squares. Since the filter length is limited by the number of pilot tones, it can
only compensate for the ICI that is from adjacent subcarriers. A time-domain
phase noise estimation and correction scheme is proposed in [CBY02], where the
phase noise process is parameterized by using sinusoidal waveforms as the bases
and the parameters are estimated by the method of least squares. However, us-

ing sinusoidal waveforms to approximate phase noise may not be optimal, and
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how to jointly estimate the model parameters and the transmitted symbols is not
addressed in [CBYO02]. Similarly, the work [LZ04] approximates phase noise by
using a small number of sinusoidal components, and it suggests inserting some pi-
lot tones outside the spectrum occupied by data transmission and estimating the
model parameters of phase noise by using the received pilot signals. This scheme
requires extra bandwidth and can only correct the ICI from adjacent subcarriers
because of the approximation made in modeling. A method that utilizes a priori
information about phase noise spectrum to suppress phase noise is presented in
[LZLO5]. All these ICI compensation schemes assume that the receiver has per-
fect channel state information; however, in wireless communications, the channel
is time-varying and the receiver has to estimate the channel in the presence of
phase noise, which makes the scenario more complicated than what has been
studied before. In [LYKO05], joint channel estimation and phase noise suppression
are achieved by using the expectation-maximization (EM) algorithm; however,
it simply models the ICI term as additive white noise. Also, the work [WB03]
proposes a channel estimation method with the aid of cyclic prefix symbols, while
[KKO05] proposes a joint channel estimation scheme using soft decision decoding.
In [LPLO6], the maximum a posteriori (MAP) channel estimator is derived for

the case when both frequency offset and phase noise are present.

2.1.2 This Work

In this chapter, we propose a new phase noise compensation scheme for OFDM-
based wireless communications with improved performance. The scheme consists
of a channel estimation stage and a data transmission stage. In the channel

estimation stage, block-type pilot symbols are transmitted so that the receiver
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can jointly estimate the channel coefficients and the phase noise.! Instead of
estimating the channel coefficients and phase noise in the frequency domain, we
estimate them in the time domain by using interpolation techniques to reduce the
number of unknowns. The joint channel and phase noise estimation procedure
gives a more accurate estimate of the channel than other conventional methods
that either ignore phase noise or simply treat it as additive Gaussian noise. The
slowly-varying nature of wireless channels allows us to use the channel estimate
in the subsequent data transmission stage for estimating the data symbols. In
the data transmission stage, comb-type pilot symbols, which contain both data
symbols and pilot symbols, are transmitted, and the data symbols and the phase
noise components are jointly estimated at the receiver in order to mitigate both
the CPE and ICI effects of phase noise. The proposed approach outperforms
other methods for two main reasons. First, instead of approximating the ICI
term as additive noise, we use the exact data model given in Section 2.2 and
treat the phase noise components as unknown parameters to be determined over
two stages. Second, the correlation property of phase noise is exploited to reduce
the number of unknowns. This is similar to the idea of modeling the phase
noise process by the sum of several sinusoidal waveforms, but the use of linear
interpolation in the time domain makes our approach less sensitive to variations

in phase noise models.

The chapter is organized as follows. Section 2.2 briefly describes the system
model with phase noise and formulates the effects of phase noise on OFDM
receivers. The proposed algorithm is presented in Section 2.3 and analyzed in
Section 2.4 in terms of the effective signal-to-noise ratio. Simulation results and

performance comparison of different algorithms are given in Section 2.5.

1 All standardized OFDM systems today provide such full pilot symbols at the beginning of
every packet. Therefore, the proposed scheme does not require any modification to the packet
structure and can be applied to existing standards.
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Throughout this chapter, we adopt the following notations: (-)T denotes the
matrix transpose, (-)* denotes the matrix conjugate transpose, diag {-} represents
the diagonal matrix whose diagonal entries are determined by its argument, Tr{-}
returns the trace of a matrix, Re{-} denotes the real part of its argument, Iy is
the identity matrix of size N x N, and E {-} is the expected value with respect

to the underlying probability measure.

2.2 System Model

The OFDM modulation and demodulation are illustrated in Fig. 2.2. At the
transmitter, the bits from information sources are first mapped into constellation
symbols, and then converted into a block of N symbols X[k], k =0,1,...,N -1,
by a serial-to-parallel converter. The N symbols are the frequency components
to be transmitted using the N subcarriers of the OFDM modulator, and they
are converted to OFDM symbols z[n], n = 0,1,..., N — 1, by the unitary inverse
Fast Fourier Transform (IFFT), i.e.,

N-1
1 :2nnk
x[n]=—-—\/ﬁ E X[kl ™, n=0,1,...,N — 1.
k=0

A cyclic prefix of length P is added to the IFFT output in order to eliminate
the inter-symbol interference caused by multipath propagation. The resulting
N + P symbols are converted into a continuous-time baseband signal z(t) for
transmission. If the continuous-time impulse response function of the baseband

channel is h(t) and the phase noise at the local oscillator is ¢(t) (see Fig. 2.3),?

2In Appendix A, we give a brief review of the existing models for phase noise, and derive
some useful statistical measures that will be used in assessing the performance improvement of
the proposed compensation scheme in Section 2.4.
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Figure 2.2: OFDM modulation and demodulation.
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Figure 2.3: Block diagram of the OFDM system with phase noise.

then the received baseband signal is given by

y(t) = eI [w h{t — 7)z(T)dT + w(t),

where w(t) is additive white Gaussian noise. Let Ty be the symbol time of the
system. At the demodulator, y(t) is sampled at period T;. After removing the
cyclic prefix, a block of N symbols y[n}, n = 0,1,..., N — 1, is obtained, whose
elements are related to z[n], n=10,1,...,N —1, by

yln] = &) (h[n] ® 2[n]) + win]

N-1

= &0 N " h[(n - r)ylzlr] + win], (2.1)

r=0
where ® denotes circular convolution, h[n] is the discrete-time baseband channel

impulse response, (n — r)y stands for
(n—7r) mod N
and w[n] is the additive noise component. Assume that h[n] has length L, i.e.,
hln]=0ifn ¢ {0,1,...,L —1}.

OFDM modulation requires L — 1 < P in order to eliminate the inter-symbol
interference. The unitary Fast Fourier Transform (FFT) is then performed on
yln],n=0,1,..., N — 1, to obtain Y[k], K =0,1,..., N — 1. Let

N-1
1 - s <TKN
Alk] = = 3 1T~ "k =0,1,...,N —1, (2.2)

n=0
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and

It follows from (2.1) that
Y (k] = Alk] ® (H[K|X[k]) + W]
N-1
= > A[rH[(k - )W X [(k—r)y]+ WK, k=0,1,...,N—1, (23)

because multiplication in the time domain implies convolution in the frequency
domain and convolution in the time domain implies multiplication in the fre-
quency domain. Here, H[k] is the channel response in the k' subcarrier and
W k] is the additive noise component in the k* subcarrier. Expression (2.3) can

be rewritten as

N-1
Y[k = AQJHKIX[K] + > ArH [(k =N X (k= r)n] + WK (24)

r=1

where the term
A[O]H[Kk] X [k]

is called the common phase error (CPE) and

S AlH{(k — )X [k - )]

is called the inter-carrier interference (ICI). In the absence of phase noise, we

have the traditional relation
Y[k] = H[k] X [k] + W[k],
which follows by setting

Afo] = 1
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and

Alr] =0 for r # 0.

Using matrix notation, expression (2.3) can be represented as

where

y = AHx + w,
[y | X0 |
BT cn, =] M s,
vV -1 | | XIN-1
L wi |
we | Y vk,
WiV -1 |
[ A0] AN-1 ... AQ]
s | AW Al A
AV -1 AN -2 “.A@d
O 0o |
| 0 "l vsw),
0 0 ..oHN-1]

(2.6)

2.7)

Note that A is an N x N circulant matrix. When phase noise is not present,

matrix A in (2.5) is replaced by the identity matrix.
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2.3 Proposed Algorithm

If both A and H in (2.5) were known, then the data vector x could be recovered,

e.g., by solving [Say03]:
X = argmin ||y — AHx ||*.

However, in practice, neither the channel matrix H nor the phase noise matrix
A are known to the receiver. In this section, we propose a solution to deal with
the situation when both A and H are unknown at the receiver. The proposed
algorithm consists of two stages: one is the channel estimation stage and the
other is the data transmission stage. In the channel estimation stage, we use
block-type pilot symbols to jointly estimate H and A. In the data transmission
stage, comb-type symbols are transmitted such that x can be jointly estimated
with A by using the H estimated in the channel estimation stage. The motivation
for this algorithm is based on the fact that wireless channels are usually slowly
time-varying compared to phase noise. Since the phase noise components may
change significantly from one OFDM symbol to another, it is harmful to use
the previous estimate of phase noise to help detect the data symbols in the
subsequently received OFDM symbols. However, we can use the channel estimate
for a few subsequent OFDM symbols due to the slowly time-varying nature of
wireless channels. This motivates our approach to compensate for phase noise by
using the joint channel estimation (with phase noise) first and then followed by
the joint data symbol estimation (with phase noise). The algorithm is illustrated

in Fig. 2.4.
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Figure 2.4: The proposed phase noise compensation scheme.

2.3.1 Joint Channel and Phase Noise Estimation

In the block-type pilot symbols, all subcarriers are used to transmit pilot symbols.
For convenience of exposition, we assume that each time only one OFDM symbol
is used as the block-type pilot symbol for channel estimation. Since there are only
N pilot tones in each block-type pilot symbol, it is underdetermined to directly

estimate the 2/V unknowns, i.e.,
Alk] and H[k], k=0,1,...,N — 1.

To overcome this difficulty, we can reduce the number of unknowns by prop-
erly modeling the channel and the phase noise process with fewer parameters
as follows. Since the length L of the discrete-time baseband channel impulse
response is normally less than the OFDM symbol size N, we can relate H|k],
k=0,1,...,N—=1,to hjn],n=0,1,..., L — 1, through

h = Ful, (2.8)
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where

HI[0] h[0]
H[] hl1]
h= _ (Nx1), h'= _ (L x 1),
HIN -1 h[L — 1]
and

3 ]
1 1 1
1 IR o

Fy, = (N x L)

1 e TR i TERER

consists of the leading L columns of the discrete Fourier transform matrix. Instead

of estimating h, we can estimate h'. This reduces the number of unknown channel

coefficients from N (in the frequency domain) to L (in the time domain).

For the phase noise, instead of estimating
Alk], k=0,1,...,N —1,
we can estimate the phase noise components in the time domain, i.e.,
9T =0,1,...,N—1.
In order to reduce the number of unknowns, we can estimate

OMN-DT/M=1) 01 M —1(M < N),

and then obtain the approximation of

BT n=01,...,N—1,
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by interpolation. Let

[ i (50
(I $(T5) i Tr2)
c= _ (Nx1), = _ (M x1).
(JH(N-1T:) GIH(N-1T)

Then, we can write
/
c~ Pc,

where P is an interpolation matrix to be determined in Subsection 2.3.3. Using

(2.2), we have

1 1 ,
a= N F.c ~ N F.Pc’, (2.9)
where
A[0]
Al
a= . (N x 1) (2.10)
A[N —1]

and F, is the discrete Fourier transform matrix, i.e.,

1 1 1
.27 27 (N—-1
1 eI e‘J( :
Fa=| R Y
_2m(N=1) . 2m(N—1)2
1l ed97 7 ... e~

Consequently, knowing x during training, we can estimate A and H by solving

min ||y — AHx ||* (2.11)
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where A is related to ¢’ by (2.6) and (2.9) and H is related to h' by (2.7) and
(2.8).
The estimates of A and H obtained from (2.11) will have an ambiguity of a

scaling factor. To resolve this ambiguity, we estimate

A’ 1]A (A[0] # 0)

A
and
H" = A[0JH (2.12)

instead of A and H. Here we assume that A[0] # 0, since A[0] represents the
common phase rotation of the received N symbols and is usually nonzero. By

(2.6) and (2.7), A” is circulant and H” is diagonal, i.e.,

[ 4y AN—1] ... A |
e A”.[l] A”.[O] - A’i[2] T 19
AN 1] AT [N—2] ... A"[0]
with
A"[0] = 1 and A”[K] = Z%(ﬂA[k], fork=1,2,... . N—1
and
o o L o |
0o H' ... 0
H = | (N x N) (2.14)
00 .. HIN-1
with

H"[k] = A[0]H[K], for k=0,1,...,N — 1.
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Correspondingly, we define

"o _}___ /
o A[O]C

and
h' = A[O]h’.

It follows from (2.9) and (2.8) that
1

ax i F.Pc” (2.15)
and
h = Fyh” (2.16)
where
AII[O] HII[O]
All[l] . H”[].]
a= . (Nx1), h= _ (N x1). (2.17)
A"[N — 1] H"[N —1]

Note that A”[0] is 1. Problem (2.11) is thus reformulated as

min ||y — A”H"x ||? subject to A”[0] =1, (2.18)

c//
where A" is related to ¢” by (2.13) and (2.15) and H” is related to h” by (2.14)
and (2.16). If L + M < N, then (2.18) may have a unique solution for ¢ and
h”. Finding the necessary and sufficient conditions for which (2.18) has a unique
solution in general belongs to the class of problems concerned with the global or

local identifiability of a system [Lju99].

The optimization problem given by (2.18) is nonlinear and nonconvex. Sup-
pose that A” is known. We can reformulate (2.18) into a least-squares problem

in h” as

Irllli”l’l || y _ AIIXthII ”2,
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where X = diag {x} and the diag{-} notation refers to a diagonal matrix whose
diagonal entries are the elements of its argument. The optimal h” is then given

by
h) = [F3X* (A")" A"XFy]” FiX*(A")"y.

By substituting H” = diag {Fph/} into (2.18), the optimal ¢” is given by the

solution to the following nonconvex optimization problem:

¢/ = arg min |y — A” - diag {Fph} - x ||?
c//
= arg min ||y — A" - diag{Fy, [F};X* (A")" A"XFy| TEEX (AN y) x|
c//
subject to A”[0] = 1. In implementation, we use the two-step iterative algorithm
presented in Algorithm 2.1 to find a sub-optimal solution to (2.18). In Step 3,

given a previously estimated ¢”, we find an optimal h”. Expression (2.19) can be

rewritten as
hi; = arg min ||y — A{_;H"x|?
= arg min ||y — AL, Xh|*
= arg min ||y — A/, XFyh"|.
This is because

H” = diag{h} and h = F,h”.

The problem is now in the form of a standard least-squares problem, and its

solution is given by

o~ —~ * Al —1 —~ *
By, = [Fixt (AL) AL XF| Fxt(AL) .
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Algorithm 2.1 Joint Channel and Phase Noise Estimation

0: Start with an initial guess ¢j. For example,

-~ T
C0:[1 1 ... 1] .
1l: 1=1
2: repeat
3: Let @;_; = %FaP¢/_;, and find the associated optimal h!_, by solving the following
least-squares problem:
b | =arg min ||y — A}, H"x |7, (2.19)
where x, y are known and AY_, is determined by #;_; according to (2.13) and (2.17).
The expression for ﬁ;’_ 1 is given by
T xxrx [ AN * Sy -1 N *
i-1 = [th ( i—l) Ai—IXFh] Fp X ( i——l) y-
4: Let hy_q = Fhﬁg’_ 1, and find the associated optimal €] by solving the following least-
squares problem:
¢/ = arg min ||y — A”H/_,x || subject to gc” =1, (2.20)
cl/
where H? , = diag{h;_,} and g is the first row of +FaP. The expression for €/ is given
by
e = (0°0) 0%y - Ag"),
where
1 g(0*0)"10*y -1
O = —TF,P, \=
N7 g(0*0)~lg*
and T is the circulant matrix formed by the elements of ITI:’_ 1X.
5 i=i+4+1

6: until there is no significant improvement in the objective function ||y — AZH/_ x ||2.
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In Step 4, given a previously estimated h”, we find an optimal ¢”. Expression
(2.20) can be reformulated as
¢ = arg min ||y — A"H{ x|
c//
= arg min ||y — Ta|
c/l

1
= arg min ||y — NTFaPc” I
[+

where T is the circulant matrix whose elements are given by the vector I/-\I:’_ 1X,

ie., let
Co
=~ Cl
H x=| ~ [ (Nx1) (2.21)
CN—1
and define the circulant matrix
G Cn-1 ... G
T = C_l C_O C_z (N x N). (2.22)
I Cv—1 Cnv—2 ... Co

Let g be the first row of xFaP. Since & = +F,Pc”, the constraint A”[0] = 1 is
equivalent to

gc’ = 1.
Solving the problem

1
¢/ =argmin|ly — NTFaPc” [|? subject to gc” = 1

leads to

é\/_/ — (0*0)—1 (O*Y _ )\g*) ,

1
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where
1 g(O*O)‘lo*y -1

0= TP, A==

It can be seen that Step 3 finds the optimal ﬂ;’_ 1 by setting ¢” to be the

predetermined ¢;_;, and hence
ly — AL HLx |? < |y — AL H x|
Step 4 finds the optimal €} by setting h” to be the predetermined fl;’_ 1, and hence

ly — ArH x| < ||y - A7 HY x|

31—

Therefore, the objective function is decreasing with ¢ = 1,2,..., and eventually
converges to a local minimum. The obtained H” will be used in the data trans-
mission stage when comb-type symbols are transmitted. In the next subsection,

we assume that H” is known to be H".

2.3.2 Joint Data Symbol and Phase Noise Estimation

In each comb-type OFDM symbol, assume that () carriers are used for pilot tones
and N — @ carriers for data symbols. The joint data symbol and phase noise

estimation problem can be formulated according to expression (2.5) as

min |y — AH"x|*. (2.23)

¢/, Xdata
Note that H” differs from H by a scaling factor according to (2.12), and hence
the estimates of ¢/ and A by solving (2.23) differ from their true values by a
scaling factor. This ambiguity will not affect the estimates of the data symbols
because x also contains some pilot symbols. Expression (2.23) can be rewritten

as

. 2
Fn ” y- APiIOtHgilotxpilot — AgaraHgotaXdata || ) (2.24)

’
€', Xdata
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where X0t is the sub-vector of x that consists of all the pilot symbols and Apjet,
Hgﬂot are the associated sub-matrices from A and H”, and Xgats is the sub-vector
of x that consists of all the data symbols and Agaa, Hy,,, are the associated
sub-matrices from A and H”. Since there are N — ) unknown data symbols
in Xgata and M unknown phase noise components in ¢/, then (2.24) may have a

unique solution if @ > M.

Since the optimization problem given by (2.24) is similar to the joint channel
estimation problem we just solved, we can follow the same procedure to solve it.

If A is known, the optimal Xga, is given by
Xdata,o = ( gata,)_l (AgataAdata)_l Agata (y - ApilotHgilotxpilot) .
Then the optimal ¢’ is given by the following nonconvex optimization problem:
C, = arg H}clln ” Y — ApilotHgilotxpilot - AdataH:j/ataXda.ta.,o “2
= arg min || y — ApiotHpjorXpilor — Adata (AfaaAdata) " Al
: (y - ApilotHgilotxpiIOt) ||2

An iterative method for finding a sub-optimal solution is presented in Algo-
rithm 2.2, in which we first estimate A[0] to initialize the iteration. The CPE
coefficient A[0] represents the common rotation of all the received constellation
symbols, and it can be estimated by measuring the angle rotated by the pilot
symbols [RK95].

2.3.3 Selection of the Interpolation Matrix
2.3.3.1 PSD of the Phase Noise is Known

If the power spectral density (PSD) of the phase noise is known, the optimal

interpolation matrix P, can be obtained by minimizing the mean-square-error of
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Algorithm 2.2 Joint Data Symbol and Phase Noise Estimation
0: Assume that kpiot,5, § = 1,2,..., @), are the subcarrier indices of the @ pilot tones. The

CPE coefficient A[0] is estimated by [RK95]:

3001 — Z?:l (H”[kpilot,j])* (X [kpilot,j])* Y [Kpilot, 5]

A0 Z?:l |H ”[kpilot,j]|2 | X [kpilot,j”2
1: Let
%= A0 A ... A0
20i=1
3: repeat

4: Leta;_1 = —leFaP’ég_l, and find the associated optimal X4ata,i—1 by solving the following
least-squares problem:

s : A " A " 2
Xdata,i—1 = arg}rcnln ” y- Apilot,i—alilotxpilot - Adata,i—lHdataxdata || y
dal

ta
where Kpﬂot,i_l and Kdata,¢_1 are determined by a;_; according to (2.6) and (2.10). The
expression for Xgata,i—1 is given by

-1

= _ 7 =1 (T« 1 A * n "
Xdata,i—1 = ( data) (Adata,i—lAdata,i—l> Adata,i—l (y - APiIOt»i*alilotxpi10t> .

5:  Find the optimal €] by solving the following least-squares problem:
¢, = arg rrgn “ Y- ApilotHgilotxpilot — AdataH{, 1 Xdata,io1 ||2 .
The expression for €} is given by
€ = N(P*F.T*TF.P) ' P*FiT"y,

where T, similar to (2.21) and (2.22), is the circulant matrix formed by the elements of
H"%;_1 with X;_; formed by Xpilot and Xdata,i—1- '

6: 1=1+1

7: until there is no significant improvement in the objective function || y — Kpi]ot’ngilotxpi]Ot —

A 7 2
Adata,inataxdata,i—l ” .
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interpolating ¢ from ¢’, i.e.,
P, =arg n%DinE lc—P c|?
from which the optimal P, is given by

P, =R.R}} (2.25)

c/

where Reer = E {cc*} and Re = E{c/c*}. Here, R. and R are determined
by the auto-correlation function of the phase noise process and can be obtained

from the PSD of phase noise, as explained in Appendix A.

2.3.3.2 PSD of the Phase Noise is Unknown

RN*M g constructed from linear

In this case, an interpolation matrix Py €
interpolation, as illustrated in Fig. 2.5, and its element at the n** row and m®"

column is given by

PL(TI,, m) =
(n—1)(M=1) p (m=1)(N=1) N-1)
m— 002 i R <p 1 < R
YO (m—2), if PP <) < (UEED D (2.26)
0, otherwise,

wheren=1,2,..., Nand m=1,2,... , M.

It can be shown that for free-running oscillators with linewidth &, the optimal
interpolator P, is approximately equal to the linear interpolator Py, if {7, < 1
(see Appendix B for a proof). In wireless systems, 75 ~ 1 us and £ ranges from

10 Hz to at most 10 kHz, for which &7, < 0.01 and the assumption €7, < 1 is

valid.
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Figure 2.5: Linear interpolation.

2.4 Performance Analysis

In this section, we analyze the effect of phase noise on OFDM receivers and the
performance of different compensation schemes in terms of signal-to-noise ratio
degradation. The effective signal-to-noise ratio at the receiver is an important
measure to characterize the system performance and can be used to predict the
bit error rate (BER) [Tom98, PM02]. The expressions of the effective signal-
to-noise ratio are derived by assuming that the receiver has perfect information

about the channel matrix H. The following is also assumed:

1.) The data symbols X|[k] are independent and identically distributed with

Zero mearn.

2.) The data symbols, the phase noise, the channel coefficients and the additive

noise are independent of each other.
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Moreover, let

ok =EB{IXKI*}, of =E{lHKI}, of =E{WIk]}.

2.4.1 No Compensation for Phase Noise

In this scenario, the receiver does not compensate for phase noise. Expres-

sion (2.4) can be rewritten as

Y{K] = HIEXK] + (AJ0] — 1) HEXTK + 3 A[H[(k — r)]X[(k — )]

r=1

+ Wk,

where H[k] X [k] is the desired signal component and the other terms are regarded

as noise. The variance of H[k]X[k] is given by
E {|HkIX[k]|*} = E{|H[KI"} E{|IXk]["} = o50%.
Let
oar=E{|AK]*}, k=0,1,...,N—1.

By using the facts that (see Appendix A.3)

N-1

> o4x=1 and E{A[0]} = E{c(t)}

where

c(t) = 7*®),

the variance of the noise term is computed as

g }

= E {|(A[0] - 1) HKIX K"} + > E {|AF]H[(k — r)n]X[(k — r)n]|"}

r=1

(A[0] = 1) HIE]X[k] + z_: Alr]H[(k —7)n]X[(k = r)n] + WIK]

r=1
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+E{|Wk]*}
N-1

E {|A[0] - 1]’} o%0% + ) 0k r0no% + oy
k=1

=2

-1
Ufma?{aﬁ — 2Re {E {A[0]}} Uffag( + 0%0% + 0124,
=0

20%,0% — 2Re {E {c(t)}} 0% 0% + o5y.

II
x

Hence, the effective signal-to-noise ratio at the receiver is given by

2 42

B Og0x
SNRno = 332 7 2R (B {e(1)}] 050% + 0%
SNRg
_ 2.27
(2 - 2Re {E {c()}}) SNRo + 1 o

where

2 2
oyo
SNRg = X
Ow

is the effective signal-to-noise ratio when there is no phase noise in the system.

2.4.2 CPE Compensation Scheme

In this case, assume that the receiver has perfect information about A[0] but has
no information about A[k], k = 1,2,..., N—1. With the CPE correction scheme,
A[0]H[k]) X [k] in (2.4) represents the signal component and the other terms are
regarded as noise. The variance of A[0|H[k]|X[k] is given by

E {|A0JH KXk} = E{JA{0]"} E {|H[K]"} E {|X[K]*} = 0} 0ho%,
while the variance of the noise term is computed as

. J

= Y B {ARIHIk — InX[(E— ) + B (W)

N-1
> AlH[(k = )N X[(k = r)n] + W]

r=1

34



=z

-1

_ 2 2 2 2
= OAkOHOX + oy

1

E
il

Hence, the effective signal-to-noise ratio is given by

2 2 2
SNR o — 04,0909
CPE = ~N-1 3 2 52 1 o2

D k=1 O4k0g0x T 0w

o2 ,SNR,
(ZkN 1 afl,k) SNRy + 1
U%’OSNRO

= 2.2
(1-0%,) SNRq + 1 (2.28)

where 07 | is given by (A.7), i.e.,

N—-1 N-1

Pho= 7z 3 O Rell(m — o))

n1=0n2=0

and R.(7) is the auto-correlation function of c(t).

2.4.3 Ideal Compensation for both CPE and ICI

In expression (2.5), if both A and H are known at the receiver, AHx is the
desired signal component and w is the noise component. Hence,
E {x*H*A*AHx}
E {w*w}
_ ohoxTr{E{AA*}}
B NoZ,

= SNRyq (2.29)

SNRideaJ =

where

P

Tr{E{AA*}} = N < ag,k> = N.

E
1l
<)
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2.4.4 Proposed Algorithm

Using the proposed algorithm, we can get an estimate A of the phase noise matrix

A. Expression (2.5) can be rewritten as
y = AHx + (A — A)Hx + w.

Recall the definition of a given by (2.10). Let a be the corresponding estimate of

a. It is easy to verify that
Tr{AA"} = N|a|’, Tr{AA"}=N|3a|",

and

Tr{(A—A)(A-A)'}=N|a—-a|>

Then the effective signal-to-noise ratio can be expressed as

E{HI:XHXIP}

E{|l(A - A)Hx + wl[?}

B E{x*H*A*AHx}

"~ E{x*H*(A — A)*(A — A)Hx} + E {w*w}

ohoy Tr{E{AA*}}

3oy H{E{(A - A)(A - A)*}} + Noj,

_ NojoXE{||a ]’}
No%4o%E{||a—2a|?} + No¥,

_ E{||a|*}-SNR,
E{[a—a|?}-SNRo+ 1

SNR prop =

(2.30)
Since
~ 1 ~
a= NFaPc',
we have
o~ 1 * * *
E{||a||?} =E {mﬁ’ P FaFaPE’}

1
= SE{e"PPe}
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1
= ~E{Tr{Pee"P"}}

1
— - P* 2.31
Tt {PReP"}, (2.31)
where
Ry = E {¢'c"}.
Moreover,
E{|la-a|*}=E L Fuc— —F,P¢ 2
a a = N a N a
1 ~1112
= SE{lc-Pe| J
— %E {c*c — 2Re {cC'PT} + (€)' P*PT)
_ %E [N - 2Re {¢'PT} + (@) P*PT}
1
= 1~ 2 Re {B{Tr (PTc'}}} + B {Te {PT @) P}
2 1
where

R’@/c =E {E\IC*} .

With (2.31) and (2.32), expression (2.30) becomes
#Tr {PReP*} - SNRq

SNRprop = :
PP (1 - 2Re{Tr {PRec}} + 2Tt {PRe/P*}) - SNRq + 1

(2.33)

To further simplify (2.33), we note that for each particular ¢, the optimal ¢’ that
minimizes
le - P’
is given by
¢ = (P*P) ' P*c.

We thus make the following approximation:

¢ ~¢, = (P'P)"'P*c.
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It follows immediately that
Ry ~ E{¢, (@)}
= E{(P*P)"'P*cc’P (P*P) ™'}
= (P*P)"'P*R.P (P*P)™"
and
Re/c ~E {EIOC*}
=E {(P"P)"' P*cc*}
= (P*P) "' P*R..
We then have
Tr {PReP*} = Tr {P (P*P) "' P'R.P (P*P) ' P*}
= Tr {P (P*P) ' P"Rc.}
and
Re {Tr {PRec}} ~ Re {Tr {P (P*P) ' P*R.}}
= Tr {P(P*P)"'P*R.}.
Hence, (2.33) is approximated by

LTr {P (P*P)"'P*R.} - SNRo
(1 - +Tr{P(P*P)"'P*R.}) -SNRo+ 1’

SNR prop &

If the interpolation matrix is given by P = P, = ReR2', then

Tr {P (P'P)"'P'R¢} = Tr {Ree (RicRee) " RivR}

and hence

LT {Ree (RiyRew) " RigRe } - SNRy

SNRrop = .
PP (1= 2T {Ree (R2Ree) " RiuRc}) - SNRg + 1
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In Figs. 2.6-2.8, the theoretical effective signal-to-noise ratio is plotted for
different compensation schemes and for different types of phase noise by using
expressions (2.27)-(2.29) and (2.34) (see Appendix A for a brief introduction of
the different types of phase noise). Fig. 2.6(a) plots the effective signal-to-noise
ratio vs. SNRy for the free-running oscillators with linewidth £ = 5 kHz, and
Fig. 2.6(b) plots the effective signal-to-noise ratio vs. the oscillator linewidth £
when SNRy = 25 dB. It is seen in Figs. 2.6(a) and 2.6(b) that SNR,, is about

—3.0 dB for free-running oscillators. This is because
2 — 2Re {E {cree(t)}} = 2.
From (2.27),

SNRo 0.5=—3.0 dB

N no =~ Sano 1
SNE 2SNRg + 1

if SNRy > 1. It can be also interpreted as follows. The power of the carrier

signal is
E {|eree(t)]’} =1
and the variance of the carrier noise is
E {|crree(t) — 1]*} = 2 — 2Re {E {crree(t) }} = 2,

which implies the —3.0 dB uncompensated signal-to-noise ratio. In Figs. 2.7(b)
and 2.8(b), the phase noise variance is determined by the linewidth £ and the
loop bandwidth f1, or f,, according to expressions (A.2) and (A.4), respectively,
and is measured in dB with respect to the carrier power, namely, dBc. In the next
section, we will compare the theoretical system performance with the simulated

system performance and discuss the observations from the plots.
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Figure 2.6: Plots of theoretical effective signal-to-noise ratio for the free-running

oscillators by using expressions (2.27)-(2.29) and (2.34).
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Figure 2.7: Plots of theoretical effective signal-to-noise ratio for the 1%-order PLL

oscillators with fr, = 50 kHz by using expressions (2.27)-(2.29) and (2.34).

41



&

| ~B~SNR,
—©O—SNR;¢

-V—SNRideal ............ ............. ...........
weggess SNR (M=4) : :

s SN

N
o

[48)
a
T

P . . S NI

[]
(=]
T
°
o
°

N
4]

—
an

Effective SNR (dB)
N
(=]

SNR, (dB)

(a) £ =5 kHz.

w
o

N
[3,]

n
o

-y
[,

10

Effective SNR (dB)

T i i i i i
-40 -35 -30 -25 -20 -15 -10 -5
Phase noise variance (dBc)

(b) SNRg = 25 dB.

Figure 2.8: Plots of theoretical effective signal-to-noise ratio for the 2™-order

PLL oscillators with f,, = 50 kHz by using expressions (2.27)-(2.29) and (2.34).

42



2.5 Computer Simulations

The proposed scheme is simulated in comparison with the ideal OFDM receiver
with perfect phase noise compensation, the CPE correction scheme of [RK95], and
the ICI compensation schemes proposed in [ZH01, GNE03, LZ04]. The system
bandwidth is 20 MHz, i.e., Ts = 0.05 us, and the constellation used for symbol
mapping is 16-QAM. The OFDM symbol size is N = 64 and the prefix length
is P = 16. The channel length is 6, and each tap is independently Rayleigh
distributed with the power profile specified by 3 dB decay per tap. Two scenarios
are studied in the simulations. One scenario assumes that the receiver has perfect
channel information, while the other scenario assumes that the receiver has to
estimate the channel using pilot symbols. Only one block-type pilot symbol is
used in the proposed scheme for each time of channel estimation, while two are
used in the CPE correction scheme. The assumed channel length in the time
domain for channel estimation is L = 12, the length of the phase noise vector
to be estimated is M = 4 or 8, and the number of pilot tones in the comb-type
symbols is () = 8 or 16. The phase noise generated by the free-running oscillators
and the phase-loop locked oscillators is simulated according to the models given

in Appendix A.

Figs. 2.9-2.12 show the simulated system performance when the phase noise
is generated by a free-running oscillator. The phase noise spectrum for £ = 5 kHz
is plotted in Fig. 2.9. Figs. 2.10-2.11 compare different schemes in terms of the
effective signal-to-noise ratio and the uncoded bit error rate (BER) for the phase
noise spectrum with £ = 5 kHz. Compared to the CPE correction scheme, the
proposed scheme can achieve 5-8 dB more improvement in the effective signal-to-
noise ratio for the high signal-to-noise ratio regime (more than 20 dB). Fig. 2.12

shows the system performance in terms of the effective signal-to-noise ratio for
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different oscillator linewidth. The larger the linewidth, the more random the
phase noise is, and consequently, the more difficult it is to compensate for the
phase noise. It can be seen that compared to the CPE correction scheme, the
proposed algorithm with = 16 and M = 8 can improve the signal-to-noise
ratio by about 5 dB if perfect channel information is available (i.e., no channel
estimation) and 8 dB if the receiver has to estimate the channel. The comparison
between the cases with and without perfect channel information shows that the
joint channel and phase noise estimation further improves the overall system
performance. In other words, the proposed scheme can reduce the sensitivity of
OFDM receivers to phase noise by about 8 dB. Moreover, the simulated system
performance displayed here is consistent with the theoretical performance shown
in Fig. 2.6. It is also demonstrated in Figs. 2.13-2.16 and 2.17-2.20 that the
proposed scheme can significantly improve the effective signal-to-noise ratio and
uncoded BER for the phase-loop locked oscillators. The improvement in the
effective signal-to-noise ratio can be more than 8 dB. In order to further improve
the effective signal-to-noise ratio and uncoded BER, we can add more pilot tones

to increase () and M; however, this reduces the data rate and spectral efficiency.

In Fig. 2.21, the proposed phase noise compensation scheme is compared with
the self-cancellation scheme proposed in [ZH01], the frequency-domain FIR-type
equalizer proposed in [GNE03], and the ICI suppression method using sinusoidal
approximation proposed in [LZ04]. For fairness, we assume that the receivers
have perfect channel information, without worrying about the overhead intro-
duced by channel estimation.? The phase noise is generated by a 1%*-order phase-

loop locked oscillator with & = 5 kHz and f;, = 50 kHz. It is shown in the figure

3The block-type pilot symbols used for channel estimation are only required at the beginning
of each packet, because wireless channels are usually slowly time-varying. If the packets are
long enough, then the overhead caused by the block-type symbols is negligible.
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PSD (dBc/Hz)

f (Hz)

Figure 2.9: PSD of the phase noise generated by a free-running oscillator with

¢ =5 kHz.

that the FIR-type equalizer! and the ICI suppression method using sinusoidal
approximation do not perform well for this type of fast-changing phase noise
because they can only compensate for the ICI from adjacent subcarriers. The
self-cancellation scheme works as well as the proposed method since it uses two
subcarriers to transmit one data symbol, which brings the benefit of diversity gain
as in MIMO communications. However, the self-cancellation method reduces the
spectral efficiency by one half. In the simulation, each OFDM symbol can trans-
mit N —@ = 48 data symbols in the proposed scheme but only N/2 = 32 symbols
in the self-cancellation scheme, which demonstrates that the proposed method can

achieve 50% more spectral efficiency than the self-cancellation method.

4In the simulations, the length of the FIR-type equalizer is 9.
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2.6 Conclusions

In this chapter, a phase noise compensation scheme is proposed for OFDM-based
wireless communicétions. The proposed scheme consists of two phases. One
phase is the joint channel and phase noise estimation, and the other phase is the
joint data symbol and phase noise estimation. The simulations show that the
proposed scheme can effectively improve the system performance in terms of the
effective signal-to-noise ratio and the uncoded bit error rate. It is demonstrated
that the proposed algorithm can reduce the sensitivity of OFDM receivers to
phase noise by about 8 dB. Since oscillators with ultra-low phase noise usually
have the disadvantage of high implementation cost and high power consumption,
_ the improvement will significantly reduce the cost and power consumption from

the perspective of hardware designers.
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¢ =5 kHz and f,, = 50 kHz.
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Figure 2.18: Simulation results with perfect channel information when the phase

noise is generated by a 2"-order PLL oscillator with ¢ = 5 kHz and f, = 50 kHz.
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Figure 2.19: Simulation results with estimated channel information when the
phase noise is generated by a 2™-order PLL oscillator with ¢ = 5 kHz and
fn = 50 kHz.
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Figure 2.20: Effective signal-to-noise ratio vs. phase noise variance when the

phase noise is generated by 2"¢-order PLL oscillators with f, = 50 kHz.
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Figure 2.21: Comparison of different ICI compensation methods.
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CHAPTER 3

Joint Compensation of IQ Imbalance and Phase

Noise

3.1 Introduction

There are mainly two types of receiver structures for OFDM systems: one is
the direct-conversion receiver and the other is the Heterodyne receiver [Raz98].
Compared to the Heterodyne receivers, the direct-conversion receivers have the
advantages of low cost, low power consumption and easy integration, but they
suffer more severely from analog domain impairments. One such impairment is
caused by the imperfectness in the process of RF signal down-conversion to base-
band. The effects of this impairment have been modeled as 1Q} imbalance and
phase noise in the literature [Abi95, Raz98]. IQ imbalance is the mismatch in am-
plitude and phase between the I and Q branches in the receiver chain, while phase
noise is the random unkﬁown phase difference between the phase of the carrier
signal and the phase of the local oscillator (as was explained in Chapter 2). The
effects of IQ imbalance and phase noise on OFDM receivers have been investi-
gated in previous works, such as [Liu98, BSH00, PBM95, Mus95, Tom98, PMO02].
Some algorithms have also been proposed for the compensation of IQ im-
balance [SHA01, VRKO01, TBS05, TS05] or the compensation of phase noise
[RK95, ZH01, CBY02, GNEO03, LZ04, RLP05, LPL06], separately. In [TCP05],
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the joint effects of IQ imbalance and phase noise on OFDM systems are studied,
but the analysis and proposed compensation scheme are based on the concatena-
tion model of IQ imbalance and phase noise, where only the common error term
of phase noise is considered. It appears that there is still no thorough work on
analyzing the system performance degradation caused by the coexistence of 1Q
imbalance and phase noise, as well as the optimal estimation of channel response

and data symbols, in the presence of both impairments.

In this chapter, we pursue an explicit formulation for the joint effects of 1Q
imbalance and phase noise, and propose a joint compensation scheme with per-
formance analysis. The scheme consists of a joint channel estimation algorithm
and a joint data symbol estimation algorithm. The joint estimation technique
achieves a more accurate channel estimate than other conventional methods that
either ignore the impairments or simply model them as additive Gaussian noise.
The mean-square-error of the channel estimation step is compared with the as-
sociated Cramer-Rao lower bound to conclude that our scheme works well with
performance close to the ideal case without the impairments. In the proposed
data symbol estimation algorithm, it is shown that the joint compensation can
be decomposed into the IQ imbalance compensation followed by the phase noise
compensation. During the payload portion of OFDM packets, which contains
both data tones and pilot tones, the data symbols and the phase noise com-
ponents are jointly estimated at the receiver. The performance of the proposed
algorithm is analyzed in terms of the improvements in the effective signal-to-noise

ratio, and is compared with other compensation methods.

This chapter is organized as follows. The next section describes the system
model and formulates the joint effects of IQ imbalance and phase noise. The

proposed joint channel estimation algorithm is presented in Section 3.3, and the
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Cramer-Rao lower bounds for estimating the channel response are also derived.
The joint data estimation algorithm is presented in Section 3.4, and its per-
formance is analyzed in terms of the effective signal-to-noise ratio degradation.
Section 3.5 discusses the complexity of the proposed algorithms and presents an
efficient implementation scheme. Simulation results and performance comparison

of different algorithms are discussed in Section 3.6.

Throughout this chapter, we adopt the following notation. (-)7 denotes the
matrix transpose, (-)* represents the matrix conjugate transpose, and conj{-}
takes the complex conjugate of its argument elementwisely. Re{-} and Im{-}
return the real and imaginary parts of its argument, respectively. diag{-} repre-
sents the diagonal matrix whose diagonal entries are determined by its argument.
Tr{-} returns the trace of a matrix. E{-} is the expected value with respect to
the underlying probability measure. Iy is the identity matrix of size K x K, and

Iy is the Fisher information matrix associated with the parameter vector 6.

3.2 System Model

Fig. 3.1 shows the block diagrams of a direct-conversion receiver with and without
IQ imbalance and phase noise. We first formulate the effects of IQ imbalance and
phase noise on the received continuous-time baseband signals in Subsection 3.2.1,

and then discuss their effects on the received OFDM symbols in Subsection 3.2.2.
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(b) A direct-conversion receiver with IQ imbalance and phase noise.

Figure 3.1: Block diagrams of a direct-conversion receiver with and without IQ

imbalance and phase noise.
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3.2.1 1IQ Imbalance and Phase Noise

Let z(t) be the transmitted continuous-time baseband signal. The transmitted

passband signal, namely, the radio-frequency signal z,(t) is given by

2,(t) = Re{v2z(t)er* !} (3.1)
= V2Re{z(t)} cos(27 f.t) — V2Im{x(t)} sin(2n f.t),

where f, is the carrier frequency and the normalization factor v/2 ensures that
z(t) and z,(t) have the same average power. Let h,(t) be the continuous-time
impulse response function of the passband channel. Then the received passband
signal y,(t) is given by the convolutional integral of z,(t) and h,(t) plus additive

passband white Gaussian noise wy(1), i.e.,

wl®) = [ holt=)ap(r)dr + w0 32
Let
h(t) = hy(t)e 92mlet (3.3)

represent the continuous-time impulse response function of the equivalent base-
band channel. We use
0
vo(t) = / h(t — T)a(r)dr (3.4)
—00
to represent the received baseband signal in the absence of the impairments and
noise. Note that the passband signals z,(t), yp(t) and the passband channel
response hy(t) are all real functions, while the baseband signal z(t) and the

baseband channel response h(t) are complex. It then follows from (3.1)-(3.4)
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that y,(t) can be expressed as

uo(t) = /_ Z it — 7)p(7)dT + w,(t)
_ / Z ot — 7Y Re{V2Ze(r) ¥ Y + w, ()
=v§[:R4%@—ﬂmﬂé%W}h+wAﬂ
— V2 [ : Re{h(t — 7)) p(r) el e Y dr 4 w, (1)
= fz/_: Re{h(t — 7)z(r)e*™ ' }dr + w,(t)
= vare{ ([ bie = ryatrrar) 14} 1yt

—00

= Re{V2yo(t)e™ et} + w,(t). (3.5)

In an ideal direct-conversion receiver, as shown in Fig. 3.1(a), the sinusoidal
signals used for I and Q-branch mixing have the same amplitude and are orthog-
onal to each other. Also, their phase is perfectly aligned with the carrier signal.

Rewriting (3.5) as
4nl®) = Re{v2un(1)™ 7} + uy()

= Re {\/5 {yo(t) + ?wp(t)e“ﬂ”f“t] ejzﬂf“t} :

the received baseband signal after down-conversion is
y(t) = yo(t) + w(?t).

Here, w(t) is the additive Gaussian noise in the baseband and is given by

w(t) = LP {gwp(t)e_ﬁ”m}

where LP{-} stands for the operation of low-pass filtering.
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However, as shown in Fig. 3.1(b), the actual oscillator signals in the I and
Q branches are slightly different from the ideal oscillator signals due to the im-
perfectness of the local oscillator and 90° phase shifter. The constants « and 6
model the amplitude and phase imbalances between the I and Q branches, while
the phase noise term ¢(¢) models the phase difference between the carrier signal
and the local oscillator. Based on this model, it can be shown that the received
baseband signal y(¢) is related to the transmitted baseband signal z(t) by (see

Appendix C for a derivation):

y(t) = [cos (g) — jasin (g)} 7O yo(t) (3.6)
ON L igin (9| e-iott)ye
+lacos g | +jsin{ o) e JOE () + w(t),
where yo(¢) is given by (3.4). Letting

— cos () = iusin (2

p=cos|z)—jasin|g |,

V= (COoS b + jsi o
= 5 ) tisin{ g,

expression (3.6) can be represented as
y(t) = ne?®Oyo(t) + ve Oy5(8) + w(t). (3.7)

In the absence of 1Q imbalance and phase noise, i.e., when a = 0, § = 0, and

#(t) = 0, we have the traditional relation

3.2.2 OFDM Modulation and Demodulation

At the OFDM transmitter, the bits from information sources are first mapped

into constellation symbols, and then converted into a block of N symbols X [k],
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k =0,1,...,N — 1, by a serial-to-parallel converter. The N symbols are the
frequency components to be transmitted using the N subcarriers of the OFDM
modulator, and are converted to OFDM symbols z[n], n = 0,1,..., N — 1, by

the unitary inverse Fast Fourier Transform (IFFT), i.e.,

N-1
zn] = %Zx[k]ef%, n=0,1,...,N—1.
k=0

A cyclic prefix of length P is added to the IFFT output in order to eliminate the
inter-symbol interference caused by multipath propagation. The resulting N + P
symbols are converted into a baseband signal z(t) for transmission. Let Ty be
the sampling time of the system. At the demodulator, the received baseband
signal y(t) is sampled at period T,. After removing the cyclic prefix, a block of
N symbols, y[n], n =0,1,..., N — 1, is obtained, whose elements are related to

z[n],n=0,1,..., N — 1, through (3.7) by
y[n] = y(nTy) = pe?®Tyo(nTy) + ve 7?0yt (nT,) + w(nTy). (3.8)

In the continuous-time domain, yo(t) is equal to the convolutional integral of the
channel impulse response and the channel input, as shown in expression (3.4). Let
h[n] represent the equivalent discrete-time baseband channel impulse response.
Assume that h[n] has length L, i.e., h[n] =0if n ¢ {0,1,..., L — 1}. With the
aid of the cyclic prefix and provided that L — 1 < P, linear convolution becomes

circular convolution in the discrete-time domain (recall (2.1)), i.e.,

N-1
yo(nTy) = hln) ® z[n] = ) h[(n — r)nlelr],
=0
where ® denotes circular convolution and (n — r)x stands for
(n — ) mod N.
Expression (3.8) can then be written as

y[n] = pe®" ™) (hln] @ zln]) + ve 0T (hln] @ 2fn])” + win],
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where w[n] is additive Gaussian noise. The unitary Fast Fourier Transform (FFT)
is then performed on y[n], n =0,1,...,N—1, toobtain Y[k}, k=0,1,..., N —1.
Let

=

1
Nn

I | =0,1,..

AlK] = LN -1,

I
o

and

2rkn

L—-1
H[k] = hple™?™ ¥, k=0,1,...,N—1.
n=0

Also, we denote

Z[k] = Alk] ® (H[k|X[k]) = z_: Al(k — r)ny|H[r]X]r]. (3.9)

r==0
It then follows from (3.8) that the output symbols Y[k], k =0,1,..., N—1, after
OFDM demodulation are related to the data symbols X [k] by

YK = uZ[K] + vZ*[(N - k)] + WIK]

= 1 Allk ~ WX + v 3 AU — k= 1) H X
+ WK, (3.10)

where W k]| is the additive noise in the k™ subcarrier and is given by the discrete

Fourier transform of w(n]. Using matrix notation, (3.9) can be represented as

z = AHx, (3.11)
where
70 | [ x[
z = Z_[l] (Nx1), x= X.m (N x 1),
| ZIN-1] | XN -1] |
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[ Al AN-1] ... 4[]

A= A_[l] AFO] A'[2] (N x N circulant),

AN -1 AIN-2] ... A[0]

H[o] 0 0
0 H[1] ... 0
H= _ (N x N diagonal).
0 0 ... HN-1]

Then, expression (3.10) can be represented as

y=pz+vi+w,

where
v | Bz
Y[ |z v
y = _ (Nx1), zZ= . (N x 1),
| Y[N-1] | Bt
W |
W]
W= ' (N x 1).
| WIN-1]

Combining (3.11) and (3.13), we have

y = uAHx + VA - conj{H} - conj{x} + w,
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where

| AX0] AN -1] ... A1) -
~ A*[N —1] A*[N-2] ... A*0] .
A= _ _ . (N x N circulant),
I A*[1] AX0] ... A2 |
e 0 ... 0|
0o HT ... 0
conj{H} = . _ _ . (N x N diagonal),
0 0 ... H*[N-1]
- o -
X1
conj{x} = : (N x 1).
X*[N — 1]

Expressions (3.10) and (3.14) model the effects of IQ imbalance and phase noise
on the received symbols after OFDM demodulation. Based on this model, we
now develop a compensation scheme and analyze the system performance with

and without compensation.

3.3 Channel Estimation

In the proposed channel estimation algorithm, block-type pilot symbols are trans-
mitted, in which all subcarriers are used for the pilot symbols known to the re-

ceiver. For convenience of exposition, we assume that at each time, only one

OFDM symbol is used as the block-type pilot symbol for channel estimation.
Since the OFDM demodulation output y is related to the training symbol x
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through expression (3.14), the proposed algorithm is based on the following op-

timization problem:

min ||y — pAHx — VA - conj{H} - conj{x} ||2 (3.15)
w,AH

We notice that there are N unknowns in H, N unknowns in A, plus two additional
unknowns 4 and v. Thus, the solution to this problem is not unique, since we
have less observations (in y) than unknowns. To overcome this difficulty, we can
reduce the number of unknowns by modeling the channel and the phase noise
process with fewer parameters, as was already explained in Subsection 2.3.1.

Moreover, we realize that in (3.15):

1.) There exists an ambiguity of a scaling factor in the estimates of u, A and

H.

2.) There exists an ambiguity of a scaling factor in the estimates of v, A and

conj{H}.

To resolve the ambiguities, instead of estimating p, v, A and H, we estimate the
following quantities:

v 1

n__ Y "_ _ = "__
V= P A A[O]A’ H" = pA[0JH,
where
- -
A"[0] A'[N —-1] ... A"[1]
A"[1] A"[0] .. A2
A" = _ . ' _ (N x N) (3.16)
A"IN —1] A'[N-2] ... A"[0]
with
1

A"[0] =1 and A"[k] = Alk], for k=1,2,...,N — 1,

AJ0]
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and

O] 0 0
0o H ... 0
H = | o . (N x N) (3.17)
0 0 ... H[N-1]

with
H"[k] = uA[0)H k], for k=0,1,...,N — L

Recall that in Subsection (2.3.1), we propose to estimate the normalized time-
domain channel response h” of length L and the selected normalized phase noise

samples ¢” of length M. Define

— - r -

A"[0] H"[0]
All[l] _ Hll[l]
a= (Nx1), h= (N x 1).
A"[N —-1] H"[N —1]
Then, @ and h are related to ¢” and h” according to
T~ F.Pc” 3.18
a~ N alC ( . )
and
h = Fph". (3.19)

Consequently, knowing x and y, we can estimate H by solving
min |y — A"H"x — V'A" - conj{H"} - conj{x} ||2 (3.20)

subject to A”[0] =1,
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where

ey -y )]
AV = (A”[N.— 1y (A”[N_— A (A”_[O])* (N x N circulant),
@y @y @)
(3.21)
and
[ (H"[0])* 0 0 ]
0 (H"[1))* ... 0
conj{H"} = _ ' . : (N x N diagonal).
o 0 .. (H'IN-1)) |

This optimization problem (3.20) is nonlinear and nonconvex. An iterative
method for finding a sub-optimal solution is presented in Algorithm 3.1, in which
we improve the estimates of v”, ¢” and h” recursively by allowing small perturba-
tions in them and then finding the optimal values for these perturbation terms.
It can also be viewed as local linearization of a nonlinear system by using a first-
order approximation. Since the amplitude of IQ imbalances and phase noise is
usually small, the true values of "/ and ¢” are close to their nominal values. The

nominal values of v and ¢” assume the absence of the impairments, i.e.,

which gives

Hence, the nominal values of " and ¢” are

M—o&—[ r
=0,c"=|11..1].
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Step 0 of Algorithm 3.1 finds an initial estimate for v”, ¢” and h” to start the
iteration. Specifically, " and c¢” are initialized to their nominal values, and h” is

initialized to the corresponding solution to (3.20). That is, when
T
V'=0, "= [1 1 ... 1] )

we have
A" =1y
and hence (3.20) becomes
|y —H"x|[". (3.23)

min
hII

Let X = diag{x}. By (3.19), problem (3.23) can be rewritten as
. " 2
min ||y — XFnh"||
whose solution is given by
h! = (FLX*XFp) 'Fi.X"y.

Step 4 and Step 5 update the old estimates 7}’ ;, €/_; and ﬂ;’_l by

v =7+ AV, (3.24)
¢/ =¢c_; + A, (3.25)
h! =h!_, + Ah". (3.26)

Expressions (3.25) and (3.26) imply that A ,, A", and H/ , are updated

according to

AV = A7, +AA", (3.27)
A7 = A" 1+ AA, (3.28)
H! = H” , + AH", (3.29)
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Algorithm 3.1 Joint Channel Estimation
0: Let 7y =0and ¢y =[1 1 ... 1]7. Find the initial h! by solving

hy = argmin| y - H"x|]*
The expression for ﬁ{)’ is given by
hY = (FLX*XFy) 'F; X"y,

where X = diag{x}.
l:i=1
2: repeat
3:  Let &1 = +F.P¢/; and h;_; = Fyhl_;.
4

Find Av], Ac! and Ah} by solving the following optimization problem:

y— (A H ;x+ o A"y - conj{H!_,} - conj{x}) (3.22)

min
Av”,Ac Ah
~ [(AA"YHL_x + Al (AH")x] — [(Av")A";_1 - conj{H/_,} - conj{x}
+ 0 | (AA”) - conj{H/_,} - conj{x} + D" ;A”;_; - conj{AH"} - conj{x}] “2

subject to gAc” =0,

where g is the first row of %—FaP, and A7 ,, E’i_l, H/ ; are determined from &;_;
and h;_; according to (3.16), (3.21) and (3.17). The constraint gAc” = 0 guarantees
that A”[0] is equal to 1. Problem (3.22) can be formulated as a standard least-squares
problem (see Appendix D for details).

5:  Update the estimates of v, ¢/ and h” according to
P =Dy + A, =€+ Ac, BY =B, + AR,

6: i=i+1
7: until there is no significant improvement in the objective function || y—A/H!x -1/ A",

conj{H/} - conj{x} H2
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where AA”, AA" and AH"” depend on Ac” and Ah”. By substitution with (3.24)
and (3.27)-(3.29), the objective function becomes
|y — AH/x — D' A" - conj{H!} - conj{x} ||2
= [y ~ (AL, + AA") (HL, + AH") x — (7, + Av") (A7, + ARY)
-conj{H}_; + AH"} - conj{x} ||2
~ ||y — (AL HI_x + 9/ A%_; - conj{H]_, } - conj{x}) (3.30)
— [(AA")HY_x + A/ (AH")x] — [(AV")A";_, - conj{H/_,} - conj{x}
+ D (AA") - conj{H"_,} - conj{x} + 7} ,A”;_; - conj{ AH"} - conj{x}] H?,
where the approximation ignores the second-order and third-order small terms.
The near-optimal incremental terms Av”, Ac” and Ah” are found by minimizing

(3.30). To ensure that A”[0] =1 in the updating, given that
Al [0 =gcl =1
where g is the first row of —]1\7FaP, we have
A0 = g8 =g (8, + A) =1
and hence

gAc’ = 0.

It is shown by computer simulations that the objective function decreases
with ¢ = 1,2,..., and eventually converges to a local minimum. The obtained
estimates of v” and H” will be used in the data transmission stage for estimating

data symbols.

3.3.1 Cramer-Rao Lower Bound

To evaluate the proposed algorithm, we compare its performance with the

Cramer-Rao lower bound (CRLB) that gives a lower bound on the covariance
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matrix of any unbiased estimator of unknown parameters [Kay93]. Three scenar-

ios are considered here:

1.) There is no impairment in the system.

2.) There are IQ imbalance and phase noise, but the receiver assumes no phys-

ical impairment.

3.) Both IQ imbalance and phase noise are present, and the proposed channel

estimation algorithm is used.

The scenarios can be either exactly or approximately modeled by
y =8¢t W, (3.31)

where y is the observed data vector of length N, sg is the noise-free data vec-
tor that depends on the parameter vector 8, and w is the vector of circularly

symmetric Gaussian noise with covariance matrix E{ww*} = o2, In.

By the CRLB [Kay93|, any unbiased estimator 8 of 0 has a covariance matrix
that satisfies
var{8} = E{(8 — 6)(6 — 6)*} > I,*,

where var{6} > I;' is interpreted as meaning that the matrix var{6} — I is
positive semidefinite. Here, Ig is the Fisher information matrix of size |8} x |6|

and its element at the it" row and i¥* column is given by

& np(y; 0 . .
[19]1'1,1'2 = _E{ 39;[);}9’ )} ) 1< < |0|7 1<, < Iela
71 192

where p(y; @) is the probability density function of the observations and || is

the dimension of 8. Let

so=| Sel0] Soll] ... Se[N—u]T.
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It is shown in Appendix E that the Fisher information matrix for the data model

(3.31) is given by

S T

TW =0
where
8Selk] [ 0Se[k] OSelk] 8Ss[k] 1"
80 | 06, 08, T 9 |

In the following derivation, we assume:

1.) The pilot symbols X[k] are independent and identically distributed with

zero mean. They also have the same power and let 0% = | X[k]|2.

2.) The pilot symbols, the phase noise, the channel coeflicients and the additive

noise are independent of each other.
3.) The channel coefficients H|[k] are circularly symmetric Gaussian distributed

with mean zero and variance o = E{|H[k]|*}.

3.3.1.1 Scenario 1: No Impairments

In this scenario, there is no analog impairment in the system. We consider two
cases: one estimates h and the other estimates h'. Recall that in Subsection 2.3.1,

h and h' are defined as

[ mo | o |
H[1] h[1]
h= | (Nx1), W= oo lax.
| HIN-1] | | AL 1]

Case 1: h is estimated
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If h is estimated, the system is modeled as

y = Hx +w, (3.33)
where
8¢ — Hx
and
T
6= Re{H[0]} ... Re{HIN—1]} Im{H[]} ... In{HN-1]} ] -
To compute Iy, we need to compute a%"gk] according to (3.32). Since
Selk] = H[k]X1K],
we have
0Selk] X[k], ifk=FK,
ORe{H[K']} 0, otherwise,
and
0Selk] jX[k], fk=FK,
Olm{H[k']} 0, otherwise.
Hence,
0Sglk T
ao[] [0 ... 0 XK 0 ... 0 jX[&] 0 ... 0]

= X[klexs1 + j X [klentri1-

lth

Here, e; represents the standard basis vector whose elements are all zeros

except that the I** element is 1. By (3.32),

250 (2549

Re {(X[klexr1 + j X [klentri1) (X[klexr1 + j X [klenrr1)”}

=

Ty =

3Nk

N

§w| [\w] ngl [\

o
i
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N-1
2 . .
= E :Re{]X [k ek+1ek+1 ]|X[k]|29k+le%+k+1 +.71X[k]|29N+k+1e£+1
k=

+1X[k] | eN+k+1eN+k+1 }

5 N-
= Z [!X[k”ZekHe{H + lX[k]lzeN+k+1engr+k+1]

T 1=
202
= —"Tov.
Ow
By the CRLB,
2
~ o
B{0-0)6-0)} 2T,' = 7% Ly,
P

which implies
{‘Re{H[k]} Re {H] k]}' } —VIVQD
and

{}Im{Hk]}—Im{H[k}]} “;g.

P

Therefore, the mean-square-error of H [k] is bounded by

o ]
LE {llm{ﬁ[’f” - Im{H[’“”r}

> v (3.34)

Case 2: I’ is estimated

If h' is estimated instead of h, the system model becomes
y= XFph' + w,
where X = diag{x}. In this case,

sg = XFyh'
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and
T
6=[ Re{hl0]} ... Re{hlL—1]} Im{h(0]} ... Im{h[L—1]} ] -

Forn=0,1,...,L—1,

Osg oh'

0 _ B _XF
TRe(A]} ~ Th BRe(R]} o henth
689 oh’ .
————:X_F T — X.F n .
BIm{hln]} e T T e
It then follows that
_a_s_'jo___. [ JOsg Jsg Jsg Osg ]
00 BRe{R[0]}] """ ORe{R[L—1]} OIm{Ar0]] " dIm{R[L—1]}
= | XF, jXFy |
and
2 2 (0Selk] [8Ss[k]\"
lo=" 2 R\ 50 | 50
W k=0
_ 2 (%) [ (B8
o, 00 00
2 T ™"
=%Re{[x1?h jXFy, | ([XFh JXFy, | )}
2 el | BX | conj{XFy} XF} |
= —-he conj conji j
oz JETXT H{XFn 1{iXFn}
2 No2I;, —jNo3l;
= —Re
Tw jNo3l, No3l,
2No%
= 2 I2L-
Ow
By the CRLB,
2
~ N _ o
E{(6-90)0-0)}>15 ZNV(VT%IzL,
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which implies
2

{3

Op

and
2
Ow

E {Ilm{ﬁ[n]} _ Im{h[n]}]2} > o

R
Op

Hence, the mean-square-error of E[n] is bounded by

2

E{[Aln] - h[n]|*} 2 N—ZV%

Recall that
h=Fyh' and h=Fph'’

Since
Ih— b = [[Fah’ — Ful|? = N0’ - '|1%,
the mean-square-error of H [k] is bounded by
B{ |8k - HK)|} = +B{Ih - B
= E{In - v|?}

= LE{|h[n] — h[n]|’}
Lo%,
~ No%

(3.35)

By comparing (3.35) with (3.34), we can see that estimating h’ instead of h

improves the mean-square-error performance by a factor L/N (L < N). This is

because given the N observations in y, it is more accurate to estimate L variables

instead of NNV variables.
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3.3.1.2 Scenario 2: Without Compensation

In the presence of the impairments, the system model (3.14) can be rewritten as
y = pAHx + VA - conj{H} - conj{x} +w
= pA[0JHx + pu(A — A[0]Iy)Hx + VA - conj{H} - conj{x} + w.
We treat
H" = uA[0JH
as the “true” channel response to be estimated because of the scalar ambiguity.

The term
w" = u(A — A[0]Ly)Hx + vA - conj{H} - conj{x} + w

can be approzimately regarded as additive white Gaussian noise with covariance

matrix
B{w"(w")"} = E{ [4(A — A[0]n)Hx + vA - conj{H} - conj{x} + w]
- [(A — AfO]Lx)Ex + vA - conj{H} - conj{x} + w] '}
= E{[u(A — A[0)Iy)Hx] [u(A — A[0]Iy)Hx]"}
B{ [vA - conj{H} - conj{x}] VA - conj{H} - conj{x}]*}
+ E{ww")

= E {[u(A — A[0Iy)] [1(A — A[O)IN)]"} of0p

+E{(vA) (vA)'} oho% + o} In

{KZ aAk> |ul® + ( Oa ’k) |y|2} U%G%Jra%v} Iy

= {[(1 = %) Il + v ofo} + ol } - Ly

where the approximation assumes that

E {(A — ADLy)(A — AJ0]Ly)"} ~ (i) a> Iy

k=1
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and

Note that the model
y —_ Hllx + wll

with
G = [(1= o2 lf? + v oot + oy

has the same form as (3.33). It then follows immediately from (3.34) and (3.35)
that

1.) if h is estimated,
2
7 2 Oy
E{|nA[0JH[k] — pAOH[K]|"} > -
P
2
= [~ R Wl +WPlof + 755 (330)
P

2.) if h' is estimated,

£ Log
B{|uAl0 K~ pA0 '} > 72
op
_£ 2 2 21 2 L012v
= 5 [(L=aAo) lul® + v oy + Vo' (3.37)

3.3.1.3 Scenario 3: With the Proposed Joint Estimation

In this case, the CRLB for estimating H is computed based on the following

model:
y = A"H"x + V"' A" - conj{H"} - conj{x} + w
= A;'pproH"x + v A\;appro -conj{H"} - conj{x} + (A" — A;'ppm)H”x (3.38)

+ V(A" — Alypor) - conj{H"} - conj{x} + w,
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where Aj . is determined by the vector
1

_ "
aappm = N FHPC

according to the construction of A”. Note that A” — Al represents the mod-

eling error existing in the approximation given by (3.18). The parameter vector

to be estimated is
9 = [Re {VH} Im{l/"} Re{C”’T} Im{c”’T} Re{h”T} Im{h”T} ]T’

where the vector

" =[] 2] ... '[M— 1]]T

contains all elements of ¢” except its first element ¢”[0]. Note that ¢”[0] is de-
termined by ¢’[m], m = 1,2,..., M — 1, because of the constraint A”[0] = 1.
Hence,

sg =A" H'x+ V"ﬁappm - conj{H"} - conj{x},

appro

and the noise term in expression (3.38) is

W' = (A" — Al VH"X + V(A7 — Ay ) - conj{H"} - conj{x} + w.

The covariance matrix of w” is computed as
E{wll(w/l)*}

=F { [(AII — A" )H/’x + y”(X/” — ﬁappro) . COIlj{H”} . COIlj{X} + W:|

appro

: [(A” — A" VH"x + V(A" — A" ) - conj{H"} - conj{x} + w] *}

appro
=E { [(A” - Agppro)H”x] [(A” - Aprro)H”x] *}
+E { [1/’(37’ - ﬁappro) -conj{H"} - conj{x}]
. [1/"(37’ — ﬁappro) -conj{H"} - conj{x}] *} +E{ww*}
=E {((A” - A;’ppm) H”) ((A” - A;’pprO) H”)*} ’ 012’

1 E { (1/”(;(” _ K”appro) . conj{H”}) (V”(X” — ﬁappro) . conj{H"})*} o
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+ o3Iy

~ B{||a — Bappro| | H"[K1*} - 021y + |V - E{[18 ~ BapproI*| H"[K]|*} - 0P In
+ o5y

={(1+[V"]*) - E{ll& — Gappro|[*| H"[K]|"} - 05 + o3 } - I

where the approximation assumes that the modeling error components are inde-

pendently and identically distributed with zero mean and hence

E{((A" = Afppro) H') (A" = Agppro) H') "} ~ B{[1& — Faporo |*| H" K]} - I,

appro appro
and
E {((;‘:” — ;&v”appm) . conj{H”}) ((;&v” — ;&v”appm) . conj{H”}>*}
~ B{[|a — @approl *[ H"[K]|*} - In.
Since
—_- 1 "
Qappro = NFaPC )

the optimal ¢” that minimizes

12— Bappro|”

is given by
c" = (P*P)"'P*F:a

Thus,

1 2

min ||& — Appprol]® = ||a - —]—V—FaP(P*P)_lP*F;;E

1 * 1
— |5 _ —FaP P*P —IP*F*— = _ * —1p**=
[a FaP(P°P) P aa} [a ~F.P(P'P)"'P'F;a

1
= ||a]|* - N—*FaP(P*P)—lp*F;E

| A |

_ 1 * — * X =%
= ||a)|® - VT {F.P(P*P)"'P*F} (aa")}
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1
- |A[o]?
1
S AP N

lall* - Tr{F P(P'P)"'P'F; (aa")}
Tr{F P(P*P)"'P*F; (aa")} (3.39)
because ||a||? = 1. Using (3.39), we make the following approximation:
E{||a — @appro || *| H"[K]*}
~ E{(mﬁ5 NTr{F P(P*P)"'P'F (“*)}) IH”[k']Iz}
—E { |A[t)]|2 |H"[K]|? - Tr {F.P(P*P)"'P"F; (aa") !H”[k']lz}}
~E {|u|2|H[k]|2 - %Tr {FaP(P*P)"'P*F; (aa") } |u|*|H W}
= E {|u*|H[K]|*} E {1 —~ —]%Tr {F.P(P'P)"'P'F, (aa*)}}
= |ul?0% (1 — —]1\7’I‘r {FaP(P*P)‘lP*F;Ra}>
= |u|?0% (1 - %’I‘r {FaP(P*P)"lP*F; (]&21? R F) })
= |ul?o% (1 - 7171‘;: {P(P*P)‘lP*Rc})
where
— E{aa*} = F R.F:.
The covariance matrix of w” is approzimately equal to o3,, 1y, where
opyn = (L+ [V'[?) - E{[|& — Bappro|*| H" [k]|*} - 03 + o3y
= (1+ V")) |ul’oy (1 — %Tr {P(P*P)‘lP*Rc}> 0%+ oy

= (|l +vP) (1 — —}V'I‘r {P(P*P)—lP*Rc}> oHo% + 0%

Consequently, I and the associated CRLB for h” can be computed (see Ap-

pendix F for more details). In the computation, the covariance matrix R, of the
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phase noise vector ¢ depends on the phase noise spectral characteristics. Given
a specific phase noise model, R, can be computed analytically. By using the

relation h = Fyph”, we have
E{|uA[0)H[k] - A0} HIK]P} = E{|" — "]}, (3.40)

The lower bound for H[k] can then be derived from the lower bound for h”. It
is noted that the estimation performance depends on M, and the CRLB allows
us to select an appropriate M. A trade-off exists here, because a large M gives
better interpolation performance but at the cost of the degree of freedom, while
a small M reduces the number of unknowns but causes larger interpolation error.
In Section 3.6, we compare the mean-square-errors of channel estimation with
the derived CRLB, and show that the CRLB is a good theoretical measure for

the estimation accuracy.

3.4 Data Symbol Estimation

Assume that the receiver has acquired the channel response H” and the IQ im-

balance parameter . Given the system model

y — ZII + I/”Z” + W

where z’ = A"H"x,

7 | 2y |
7 = Z”[l] (NX 1), i‘,’,z (Z”[N._l])* (NX 1)7
v -] | @y

we are now interested in estimating the transmitted vector x. By inspecting the
model, it is noticed that the problem can be decomposed into two separate com-

pensation problems: IQ imbalance compensation and phase noise compensation,
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as illustrated in Fig. 3.2. First, z” is estimated from y by using any IQ imbalance
compensation method; then, x is estimated from Z” by using any phase noise
compensation method. Here, we apply the post-FFT IQ compensation technique
developed in [TBS05] and the phase noise compensation technique developed in

Chapter 2 of this dissertation.

Joint Data Symbol Estimation

Phase Noise
Compensation

IQ Imbalance
Compensation

N

Figure 3.2: Block diagram of the data symbol estimation algorithm.

To perform the IQ compensation, i.e., estimating z” from y, we notice that

Y[k = Z"[K] +v"(Z"[(N — k)n])* + WIK], (3.41)
YN = k)w] = Z"[(N = k)n] + V" (Z"[k])" + W[(N = k)n]. (3.42)

Taking the complex conjugate of (3.42) gives

YN = k)n] = (Z"[(N = k)w])" + (V)" 2"k} + WX [(N = k)n]. (3.43)
Multiplying (3.43) by v” and subtracting the result from (3.41) get

Y[k] = V"Y*[(N — k)n] = (1 = |V"[") 2"[K] + W[k] — v"W*[(N — k)],

from which Z"[k] can be estimated by

Y[k] — V"Y*[(N — k)N]

-]

le[k] _

To compensate for phase noise, we also assume that comb-type OFDM sym-

bols are transmitted in the payload portion of each packet. In each comb-type
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symbol, some subcarriers are used for pilot symbols, while the others are used

for data symbols. The two-stage algorithm is summarized in Algorithm 3.2.

3.4.1 Performance Analysis

In this subsection, we analyze the effects of IQ imbalance and phase noise on
OFDM systems in terms of the signal-to-noise ratio degradation. The expressions

of the effective signal-to-noise ratio at the receiver are derived by assuming that

1.) the data symbols X[k] are independent and identically distributed with

mean zero and variance 0% = E{|X[k]*};

2.) the data symbols, the phase noise, the channel coefficients and the additive

noise are independent of each other;

3.) the channel coefficients H[k| are independently identically distributed
and circularly symmetric Gaussian with mean zero and variance 0% =
E{|H[K]*}.

3.4.1.1 No Impairments
In this case, there is no impairment in the system. Since

Y[k] = H[k]X[k] + W[k],

the effective signal-to-noise ratio is given by

E{|HKX[K]’} _ o}o
E {|W[k][%} oy

SNR, = (3.46)
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Algorithm 3.2 Data Symbol Estimation

1: Estimate z” from y. This can be done by

s YIK = V'Y [(N — )N]
2"[K) = T , k=0,1,...,N 1.

2: Assume that kpilet,5, 7 = 1,2,...,Q, are the subcarrier indices of the () pilot tones. The

8:

CPE coefficient A[0] is estimated by

21 (H kpitot, )™ (X [kpitor,11)* 2" [Kpitot. ]

Aol = Z]Q=1 II"I"[kpiklot,j”2 iX[kpilot,j”2
T
Let & = [ Alo] A0 ... Al | -
i=1
repeat
Let a;_1 = %FEPEQ_I and construct A;_; from a;_; according to (3.12). Find the

associated optimal Xgata;—1 by solving the following least-squares problem:

< . =~ 1" 1" 2
Xdata,i—-1 = aIg )Icnln ” z — Apilot,i—alilotxpilot - Adata,i—lHdataxdata ” (344)
data

where xpi10¢ is the sub-vector of x that consists of all the pilot symbols and Ap;jot,:—1 and

pilot T€ the associated sub-matrices of A;_; and H”. Moreover, Xdata is the sub-vector

of x that consists of all the data symbols and Agatai—1 and HJ,,, are the associated

sub-matrices of A;_; and H”. The expression for Xdata,i—1 is given by
5Edata,i—l = ( gata)—l (A:iata,i—lAdatayi—l)_l A::iata,i-—l (2// - Apilot,i—ngilotxPﬂOt) .
Find the optimal €, by solving the following least-squares problem:
E: = arg II(]}II l|2ﬂ - ApilotHgilotxpilot - AdataHgataﬁdata,i—l ”2 (3-45)

where Apiloy and Agaia are determined from ¢’ according to (2.9) and (3.12). The ex-
pression for € is given by
¢ = N(P*FiT"TF,P) 'P*FiT*7",

where T is the circulant matrix formed by the elements of H"X;_; with X; 1 formed by
Xpilot @and Xdata,i—1-

1=1+1

9: until there is no significant improvement in the objective function || 2 —Apitot,i H o1 Xpilot —

"o 2
Adata,inataxdata,z‘—l || .
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3.4.1.2 No Compensation

In the presence of the IQ and phase noise impairments, the receiver does not

perform any compensation. The system model (3.10) can be rewritten as

Y[k] = H[kX[K] + (LA[0] — 1) H[K]X[K] + p Z_ Al(k = 7)n]H[r]X[r]
r=0,r#k
+v Z—: A*[(N = k — r)n|H*[r] X*[r] + W k],

where H[k] X [k] is the desired signal component and the other terms are regarded

as additive noise. The variance of H[k]X[k] is
E{|H[KIX[K]]*} = of0%-
The variance of the no